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Miniature High-() Double-Spiral
Slot-Line Resonator Filters
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Abstract—A new class of low insertion-loss miniaturized filters
using slot-line resonators is proposed. Miniaturization is achieved
by terminating the slot line with a double-spiral inductive termina-
tion at both ends. Using this miniaturized resonator, both positive
and negative couplings may be realized, and therefore, both stan-
dard coupled-line and cross-coupled quasi-elliptic filters are realiz-
able. The unloaded Q of these slot-line filters is considerably higher
than that of miniaturized microstrip filters of comparable dimen-
sions due to the inherent higher Q of the slot line. To demonstrate
the validity of the design procedures and the performance charac-
teristics, two different types of filters were fabricated and tested.
One is a four-pole Chebyshev filter and the other is a quasi-elliptic
filter where, in each case, the full-wave simulations show very good
agreement with measurements.

Index Terms—Microstrip filters, microwave filters, miniaturized
filters, quasi-elliptic filters, slot-line filters.

1. INTRODUCTION

OBILE wireless systems of various kinds have been the
driving force behind substantial research efforts toward
miniaturizing RF front ends. High-(@) low insertion-loss minia-
turized filters are important requirements. A few approaches in
the literature address filter miniaturization, among which are
the use of lumped-element filters, high temperature supercon-
ducting (HTS) filters, bulk acoustic-wave (BAW) filters, and
slow-wave distributed resonator filters [1]-[4].
Lumped-element filters can be made very small at lower fre-
quencies. At higher frequencies, however, their extremely small
size may result in high insertion loss and possibly low power-
handling capacity. To cope with the insertion-loss problem, HTS
filters have been proposed. BAW filters also have exceptionally
small size and quite good performance, but may be extremely
expensive to develop for any new application. These two classes
of filters are not further considered in this paper, the subject of
which is to introduce a new type of high-() coiled slot-line res-
onator with comparison to the microstrip. On the other hand,
conventional distributed element filters using coupled transmis-
sion-line resonators exhibit superior performance, but are fre-
quently too large.
In order to reach a compromise between size and per-
formance, some compact architectures have been proposed.
The size reduction of ordinary microstrip line resonators, for
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example, was made possible first by employing microstrip
stepped-impedance resonators (SIRs) [5], [6] and then by
using hairpin-line resonators [7]. A more compact hairpin
filter using split-ring resonators with parallel coupled lines was
later proposed [8]. This resonator is a capacitively end-loaded
hairpin resonator where the loading is implemented by dis-
tributed coupled lines. The loaded hairpin resonator, together
with the SIR, resulted in an improved hairpin resonator [9].
Incorporating dissimilar resonators in filter designs has also
been reported [9].

Another form of resonator, which is similar to the above
hairpin resonators, utilizes square open loops [10]. To further
reduce size, the open-loop structure can be modified by intro-
ducing a narrow capacitive gap at the open end of the loop [11].
The same authors suggested an aperture coupled two-layer
filter design using the same type of resonator [12]. Using the
two sides of the substrate provides additional miniaturization.
In both loaded open-loop and loaded hairpin resonators, electric
and magnetic coupling can be implemented, which allows for
the flexible design of many structures, such as quasi-elliptic
filters.

Slot lines and coplanar waveguides (CPWs) are other impor-
tant configurations for the realization of resonators and filters.
In the early 1970s, slot transmission lines were shown to be
a practical configuration for the realization of microwave fil-
ters and couplers [13], but more attention has been devoted to
CPW filters [14]-[16]. Also known as uniplanar configurations,
slot and CPWs are fundamental to many microwave and mil-
limeter-wave integrated circuits [17], [18]. With regard to CPW
filter miniaturization, the use of quarter-wave transmission-line
resonators, e.g., a A/4 CPW hairpin resonator [19], meandered
superconducting CPW filters [20], double-surface CPW filters
[21], and air-bridge capacitive loadings have been proposed.
Additionally, the periodic loading of CPW lines has been sug-
gested to construct a slow-wave transmission line and has been
used in the fabrication of a miniature low-pass filter [22].

In contrast, the literature concerning the use of slot lines for
filter design and filter miniaturization is rather sparse [23]. The
Q of slot-line resonators is higher than that of microstrip res-
onators of similar dimensions due to the fact that the stored en-
ergy in the resonator is confined within a larger volume and that
the electric current flows over a wider area, which translates into
lower ohmic losses. Actually, slot lines are comparable to sus-
pended substrate strip lines, which also have higher ) than mi-
crostrips due to the larger volume occupied by the stored energy.

In this paper, new filter architectures based on a miniaturized
slot line with double-spiral inductive terminations are proposed.
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Fig. 1. Proposed miniaturized resonator capacitively coupled at 400 MHz with
asymmetric end loadings.

Both electric and magnetic couplings are achievable by appro-
priate geometric layout of the miniaturized resonators, enabling
quasi-elliptic filters to be designed.

II. MINIATURIZED SLOT-LINE RESONATOR TOPOLOGY

Recently, the authors proposed a highly efficient miniatur-
ized slot antenna using a resonant slot-line geometry [24]. Com-
paring this slot antenna with its complementary printed strip
counterpart shows a considerable increase in the antenna effi-
ciency mainly due to lower ohmic losses [25]. Thus, miniatur-
ized slot-line resonators may be expected to exhibit higher @
than their microstrip versions.

Fig. 1 shows the geometry of the miniaturized slot-line res-
onator with double-spiral inductive terminations. The very com-
pact inductive end loading is realized by coiled shorted slot
lines, each with a length smaller than a quarter-wavelength.
This resonator exhibits a superior miniaturization factor and is
capable of generating electric, magnetic, and mixed coupling
mechanisms.

To assess the performance of the miniature slot-line res-
onators, a capacitively coupled miniaturized resonator, as
shown in Fig. 1, was fabricated on a 0.787-mm-thick Duroid
substrate with a dielectric constant of ¢, = 2.2 and a loss
tangent of tan 6 = 0.0009." The same substrate is used for the
rest of the designs presented in this paper to give direct compar-
isons. A low-permittivity substrate was used to minimize the
effects of dielectric loading on miniaturization. The resonator
of Fig. 1 is designed to operate at 400 MHz and fits within
a rectangular area with dimensions 0.06Ag x 0.03)\g. The
unloaded @ can be found using a single-port impedance/admit-
tance measurement technique referred to as the critical-point
method [26]. The unloaded ) of the miniaturized resonator
at 400 MHz was measured to be ()9 ~ 210, which compares
favorably with the ) of miniaturized hairpin resonators [8],
while being about an order of magnitude smaller in area.

IRT/Duroid 5880, Adv. Circuit Mat. Div., Rogers Corporation, Chandler, AZ.
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TABLE 1
EFFECT OF THE SLOT-TO-STRIP WIDTH (s/w) ON THE UNLOADED () OF
THE MINIATURIZED SLOT-LINE RESONATOR

s/w 02 [ 033 ] 05 | 1.0
7o [Gliz] | 2.29 | 2.37 | 245 | 2.60%
To 120 | 140 | 195 | 173

y [mm]

0 3 6 9 12 15 18
X [mm]

Fig. 2. Miniaturized slot-line resonator topology with different ratios of
slot-to-strip width (s/w).

Using the relationship [1]
Q=Kb\/f o))

where b is a linear dimension of the resonator, and K is a con-
stant defined as a figure-of-merit, a better comparison can be
made between miniature slot-line and microstrip resonators. For
microstrip resonators, b is defined as the substrate thickness,
while for the slot resonators, b represents the slot width. In-
voking (1), the figure-of-merit constant K is found to be K =
100 for the miniaturized hairpin resonator [8], and K = 330 for
the slot-line resonator of Fig. 1.

The ohmic loss of the CPW lines and slot lines is drastically
affected by the width of the slot or, equivalently, the impedance
of the line [13]. At resonance, the electric current distribution
on the ground plane around the slot has a higher concentration
near the edges. By making the slot wider, the peak of the cur-
rent at the edges is reduced, and a smoother current distribution
away from the slot edges is obtained. Lower current distribu-
tion at the edges translates into lower ohmic losses. In order to
obtain the best @, for a given resonator, the width of the slot
line may be optimized. Table I compares the unloaded () of the
proposed miniaturized resonator topology with a number of dif-
ferent slot-line widths (see Fig. 2). In this study, the overall size
of the resonator is fixed while (s/w), i.e., the ratio of the slot
width (s) to the adjacent metallic strip width (w), is varied as a
parameter. For the proposed miniaturized double-spiral slot res-
onator, the width of the metallic strips should be approximately
twice the width of the adjacent slots (s/w = 0.5). Fig. 3 shows
an optimized miniaturized resonator at 2.45 GHz with approx-
imately the same size as the previous resonator relative to the
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Fig. 3.

Optimized miniature resonator at 2.45 GHz.

wavelength, namely, 0.03\g x 0.06\g. The unloaded @ is found
to be Qg =~ 195. A comparison of the Q) of this resonator with
that of the scaled version of the resonator in Fig. 1 (shown in
Table I with s/w = 0.2) exhibits a considerable improvement
due to the effect of slot-line impedance on reducing the ohmic
losses of the resonator. The figure-of-merit constant K for the
optimized miniature resonator with (s /w = 0.5) at 2.4 GHz can
be obtained from (1) as K = 600, which is four times higher
than that of a half-wave microstrip resonator.

It is worth mentioning that (1) indicates that the () of a given
resonator increases as /f. However, there is a limitation on the
maximum value of the linear dimension b, which is inversely
proportional to frequency. Hence, if one compares resonators
having the maximum possible values of b, one can define an
available (), which decreases by the square root of frequency.

To measure the radiation loss of the resonator, it was enclosed
in a larger metallic cavity, and its Q was measured to be Qf, =
265. Therefore, the () due to the radiation loss can be obtained
from

111
Qrad QO Q6

giving Qyoq ~ 808. This result indicates that the ) of the res-
onator is dominated by the ohmic and dielectric losses.

Here, only measurement has been used to identify the quality
factor of the proposed resonators since a numerical estimate of
Q for the miniaturized resonators does not provide very accurate
results. For example, the finite-element method (FEM) would
require enormous amounts of memory and extremely small cell
sizes due to the very large ratio of fine and coarse features of
the structure. On the other hand, full-wave methods based on
integral equations [method of moments (MoM)] make use of
the Green’s function for multilayer structures of infinite extent.
Hence, ground planes and substrates of finite size cannot be
modeled efficiently. The equivalent magnetic-current method,
however, provides a numerically efficient approach for the simu-
lation of slotted structures. In this approach, the tangential elec-
tric field over the slot is replaced with an equivalent magnetic
current, while the field is assumed to vanish over the ground
plane. This assumption implies that the ground plane is a per-
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Fig. 4. Equivalent-circuit model of coupled miniaturized resonators
exhibiting: (a) electric coupling, (b) magnetic coupling, and (c) mixed
coupling.

fect conductor, and therefore, the ohmic loss cannot be mod-
eled in this case. Obviously, the ground plane of the slot-line
resonators under study is neither a perfect conductor, nor is it
extended to infinity. Despite the aforementioned drawbacks of
the integral-equation method, such as [27], it can predict the fre-
quency response of the filters very accurately with the exception
of the insertion loss.

III. DIRECT COUPLED FOUR-POLE FILTER

To demonstrate the versatility of the proposed miniaturized
resonators to design different types of filters, we begin with the
design of direct coupled bandpass filters.

A. Coupling Structures

For the case of capacitively coupled miniaturized slot res-
onators, the resonators have a series equivalent circuit model.
Fig. 4 illustrates the equivalent circuit of two coupled miniatur-
ized resonators exhibiting electric, magnetic, and mixed cou-
plings, all realized by an impedance (K') inverter.

In order to realize the desired values for the coupling co-
efficients, there are differing coupling configurations. In each
of these configurations, the coupling coefficients may be ex-
tracted using the pole-splitting method [10] in conjunction with
full-wave simulations [27]. Given that f,, and f; are the frequen-
cies at which the S5; reaches its peak values, the coupling co-
efficients can be obtained from

k= 3 - f 12 ]
2+ 1
In the case of the pure electric or magnetic couplings whose
appropriate circuit models are shown in Fig. 4(a) and (b)

3

C
ke = =2 (electric coupling)
Cy
Lg . .
km = I. (magnetic coupling). @
0
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Configuration A
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Fig. 5. Extracted coupling coefficients for a back-to-back coupling
configuration A as a function of the horizontal separation Ax for two different
values of vertical offsets Ay.

Note that, in the case of electric coupling, the capacitance
to ground C, of the impedance inverter is formed by the rel-
atively wide ground-plane region of length Az between the
two resonators shown in Fig. 5. Since the inverter impedance
is K = 1/(woCy), a larger Az gives a larger Cy, and the in-
verter impedance becomes smaller. Note that the coupling co-
efficient is proportional to K in the series representation [28],
which is consistent with the looser coupling requirement as Cj,
and Az increase. Also note that C; relates only to the K inverter
impedance and is unrelated to the mutual capacitance between
the resonators.

Mixed coupling may also be represented by an impedance
invertor, as shown in Fig. 4(c). Since usually Cy <« C, and
L, < Ly, the coupling coefficient for the mixed coupling can
be simplified as
_ LoCo—L,Cy Ly Gy

290 h = ke, (5)

fooy = 20207 Z99
L,Co—LoC, L, C

Equation (5) indicates that, for mixed coupling, the electric and
magnetic coupling are out-of-phase and tend to counteract each
other. Examining the mixed coupling more closely, it becomes
clear that, at the frequency of w,, = 1/, /Lq Cy, the two res-
onators in Fig. 4(c) become decoupled, and a zero in the pass-
band is introduced. For dominant electric coupling where k. >
km

L - 6
>wog:>wn>w0—\/ﬁ. (6)
Likewise, when the magnetic coupling is dominant, the zero
appears below the passband, i.e., w, < wp .

In order to design the first Chebyshev sample design, two
different coupling configurations are investigated. These con-
figurations are identified according to the mutual orientation
of the two resonators with respect to each other. The first cou-
pling configuration, henceforth referred to as configuration A,
is one in which the resonators are positioned back-to-back, as
shown in Fig. 5. The coupling coefficient (k) is calculated from
(3) and is plotted as a function of the horizontal distance be-
tween the resonators (Ax) for two different values of vertical

ng()
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Fig. 6. Extracted coupling coefficients for configuration B (face-to-face
arrangement) as a function of horizontal separation Az for two different values
of vertical offsets Ay.
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Fig. 7. Comparison between dominantly magnetic (configuration A) and

dominantly electric (configuration B) for the same overall coupling coefficient.
(Note the locations of zeros.)

offsets (Ay). Fig. 6 shows a face-to-face coupling arrangement
and its calculated coupling coefficients, henceforth referred to
as configuration B.

Since the proposed resonators are very compact and in close
proximity to each other, the coupling mechanism is complex.
The external coupling topology also has a significant effect on
the nature of the couplings, and thus, each case should be studied
separately. Fig. 7 shows the pole-splitting phenomenon in the
So1 responses of the two coupling configurations. The coupling
parameters for configuration A were set to Az = 3 mm and
Ay = 0, and for configuration B, to Az = 5 mm and Ay =
15 mm so as to provide approximately the same coupling value.
The So;1 responses shown in Fig. 7 demonstrate that both struc-
tures are coupled through a mixed-coupling mechanism since
there is a zero in the transmission. The locations of the zeros,
however, are different. For configuration A, w,, < wp, and thus,
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Fig. 8. Two different methods for external coupling. (a) Electric coupling.
(b) Magnetic coupling.

magnetic coupling is dominant. For configuration B, w,, > wy,
indicating that the electric coupling is dominant.

Considering configuration A and recalling the fact that the
electric-field distribution in a resonant slot line is maximum
at the center, electric coupling is maximized when there is no
vertical offset between the two resonators, namely, Ay = 0.
However, it is interesting to note that although the electric cou-
pling decreases as Ay increases, the overall coupling increases
(see Fig. 5). This behavior indicates that magnetic coupling is
dominant and electric coupling counteracts the effect of mag-
netic coupling in this configuration. This behavior is also con-
sistent with the increasing trend of magnetic coupling as Ay
is increased, noting that the electric current linkage (magnetic
coupling) from the first resonator to the second one is increased
by a factor proportional to Ay.

As for configuration B, shown in Fig. 6, two mechanisms give
rise to electric coupling. One is the direct capacitance between
the input and output, and the other arises from the electric cou-
pling between the adjacent coiled slot arms. Both of these elec-
tric coupling components are inversely proportional to distance
(Az). Similarly, when Ay increases, these components are re-
duced. Conversely, the electric-current linkage (magnetic cou-
pling) between the two resonators is increased. This argument
confirms the fact that both types of couplings are present, and
since the overall coupling decreases with an increase in Ay, the
magnetic coupling is the one subtracted from the dominant elec-
tric coupling.

B. External Coupling

For the miniaturized slot-line resonator, both electric and
magnetic external couplings can be realized. Fig. 8(a) and (b)
illustrates input and output electric and magnetic couplings,
respectively.

Electric coupling can be controlled by the value of the in-
terdigital capacitor inserted between an input or output CPW
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Fig. 9. Photograph and schematic of the miniaturized four-pole Chebyshev
filter at 400 MHz.

line and the slot resonator. By changing the gap size and/or
finger length of the interdigital capacitor, shown in Fig. 8(a),
a wide range of electric external coupling values can be real-
ized. However, note that when the finger length of the capac-
itor is increased, the resonant slot length is increased, and there-
fore, the resonant frequency of the structure shifts downward.
To alleviate the frequency shift, the size of the resonator must
be trimmed in a such a way as to maintain the resonance of the
structure intact, which is why one of the inductive terminations
in Fig. 8(a) is shorter. In the case of magnetic external coupling,
depicted in Fig. 8(b), the length of the CPW coupled line exten-
sion controls the magnitude of the external coupling.

C. Examples

In order to demonstrate the performance of the proposed
miniaturized filters, two examples are considered. In the
first example, a four-pole Chebyshev filter with a fractional
bandwidth of 5% and 0.25-dB ripple at 400 MHz is designed
and shown in Fig. 9. The required coupling coefficients are
ki = ksy = 0.0378 and ko3 = 0.0310, and the external
coupling is Qext = 27.565 [28]. The prescribed coupling
coefficients can be realized using the design curves of Figs. 5
and 6. For this design, a fixed vertical offset Ay = 22.5 mm
was chosen in order to obtain a more realizable horizontal offset
and also to ensure that nonadjacent resonators do not couple to
each other. The horizontal offsets in the first example are found
tobe Az = Azz 4 = 2.25 mm and Azy 3 = 0.85 mm. The
area occupied by this filter is 0.22X¢ x 0.06Xg = 0.0132)3.
As illustrated in Fig. 10, the measured response of the filter
accurately follows the numerical results obtained by a full wave
MoM simulation [27].

A frequency shift of less than 0.5% occurs, which can be
attributed to the finite size of the ground plane, noting that,
in the MoM simulation, an infinite ground plane is assumed.
The minimum measured insertion loss for this filter is approxi-
mately —1.7 dB, corresponding to a @) of 240. Note that the @
of a miniature microstrip filter of comparable dimensions is less
than 70.

The next example considers an inductive mechanism for the
external coupling of a four-pole Chebyshev bandpass filter with
3% bandwidth. For this example, an inline resonator design
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Fig. 10. Comparison between the simulated and measured .S-parameters of
the filter in Fig. 9.
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Fig. 11. Layout of a four-pole miniaturized filter with inline resonators at

400 MHz, as well as the comparison between its simulated and measured
S-parameters.

(Ay = 0) is used to further reduce the area occupied by the
filter. In configuration B, electric coupling is dominant, which
produces an excess coupling coefficient. If a short slot line is
inserted between two face-to-face resonators, electric coupling
can be reduced considerably, and therefore, a much smaller Ax
is needed to achieve the prescribed coupling coefficient. Fig. 11
shows the designed filter in which configuration B is modified
for further compactness.

The dimensions of this filter are 0.15\g X 0.06\g = 0.009\2.
The comparison between the measured and simulated responses
is illustrated in Fig. 11. In this example, an insertion loss of
—3.7 dB is achieved, which corresponds to the ) of 220. Obvi-
ously, due to the modification to coupling configuration B, the
zero associated with the mixed coupling now becomes closer
to the passband (w,, — wg) and enhances the rejection in the
upper band. This observed zero in the rejection band arises from
amechanism different from that of normal quasi-elliptical filters
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Schematic of a low-pass prototype quasi-elliptic filter with series

where the passband zeros are the results of the cancellation of
multipath signals through different resonators.

IV. CROSS-COUPLED MINIATURE FILTERS

In the RF front end of many wireless devices, quasi-elliptic
filters are commonly used because of their compactness and
high selectivity. The enhanced out-of-band rejection of elliptic
filters is due to the presence of zeros in the filter transfer function
created by cross-couplings [29]-[31]. Here, the synthesis of a
lumped-element low-pass prototype of a four-pole quasi-elliptic
filter is demonstrated, and then, the required coupling coeffi-
cients and external couplings are extracted. Different coupling
architectures appropriate for the proposed resonator and suitable
for realizing the required coupling coefficients, including nega-
tive values, will be investigated. Following a procedure similar
to the one used in Section 111, a typical four-pole cross-coupled
filter is designed, fabricated, and tested.

Fig. 12 shows a low-pass prototype for a four-pole cross-cou-
pled filter with series elements. In the above, gg = 1 represents
source and load normalized impedances, and the remaining four
unknowns are found following a synthesis procedure outlined in
[30].

For the following design example, a filter with a fractional
bandwidth of W = 5% and passband ripple of 0.1 dB is con-
sidered. The transmission zero parameter is also set to a =
27, which implies the occurrence of two transmission zeros at
wn, = wo(1 £ W). Thus, prototype elements in Fig. 12 are cal-
culated to be g1 = 0.9526, go = 1.3822, K; = —0.1629, and
K5 = 1.0615. The corresponding coupling coefficients and ex-
ternal coupling can, therefore, be obtained as

k1o =kay = = 0.0436
9192
w
koz = Ko— = 0.0384
g2
w
k14 = K1— = —0.0085
g1
Qe = gwl —19.05. )

A few coupling configurations can be employed to realize the
required coupling coefficients. Two such coupling structures,
namely, configurations A and B, were discussed in Section III.
Fig. 13 shows the coupling coefficients of configuration A, com-
puted at 2.4 GHz, as a function of resonator separation Az when
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Fig. 13. Extracted coupling coefficients for configuration A as a function of

resonator separation Az for different values of vertical offsets Ay at 2.4 GHz.
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Fig. 14. Topology of the modified coupling configuration B and the effect of
the width of slot incision (w) in the type and magnitude of coupling for the case
of h = 8§ mm.

the vertical offset denoted by Ay is varied as a parameter. The
nature of this coupling is, again, a dominantly magnetic mixed
coupling.

A variation of configuration B, in which a short slot line is
incised between the two resonators, was used in the second ex-
ample of Section III. In Fig. 7, it was shown that, in configura-
tion B, electric coupling is dominant. To reduce the coupling co-
efficient without increasing the distance between the resonators,
aslot incision is again introduced between the two resonators, as
illustrated in Fig. 14. This figure also shows the pole splitting in
the transfer function with the incision width w as a free param-
eter. In these simulations the length of the incision is A = 8 mm.
As the width of the incision increases, the electric coupling be-
tween the resonators decreases, and therefore, the net coupling
is reduced. In Fig. 14, when w = 1 mm, a null appears approxi-
mately at the center frequency w,, = wg, which implies that the
electric and magnetic coupling are equal and totally cancel each
other. Also as the incision width is increased, the frequency at

IEEE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES, VOL. 52, NO. 5, MAY 2004

Modified coupling B
0.04 1

0.035

0.03

0.025

Coupling coefficients
o
o
N

—— h=1 oo
0.015F —a— p=p RS
—— h=3 /
—A— h=4
0.01 -v h=5
—— h=6
0.005[ —¢ h=7 g
-6 h=8
1 1 °- .0\ o= g
%.3 0.4 0.5 0.6 0.7 0.8 0.9 1 1.1
Width of slot incision (w ) [mm]
Fig. 15. Extracted coupling coefficients for the coupling configuration shown
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Fig. 16. Extracted coupling coefficients for coupling configuration C as a
function of the horizontal offset between the resonators Ax for different values
of vertical distances Ay at 2.4 GHz.

which the null occurs falls below the center frequency w,, < wy.
This indicates that the dominant coupling becomes magnetic for
larger values of incision width. Fig. 15 illustrates the coupling
coefficients of the structure shown in Fig. 14 versus the incision
width (w) when the incision height is varied as a free param-
eter. This structure, which will be referred to as modified con-
figuration B, provides rather small values for electric coupling
(negative coupling) without sacrificing the compactness of the
structure.

Finally, coupling coefficients for configuration C are shown
in Fig. 16 as a function of the horizontal offset (Ax) with the
vertical distance Ay used as a parameter.This configuration is
similar to the two previous structures with the exception that the
offset parameters are much larger. This structure exhibits a dom-
inantly magnetic coupling. Defining dominantly magnetic cou-
pling by convention as positive coupling, and electric coupling
as negative coupling, all the coupling coefficients, as required
by (7) to synthesize a quasi-elliptic filter, can be realized.
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Fig. 17. Photograph and schematic layout of a miniaturized quasi-elliptic filter
at 2.4 GHz with dimensions of 0.09Ag x 0.14 ..
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Fig. 18. Comparison between the lumped-element prototype, full-wave

simulated, and measured S-parameters of the quasi-elliptic filter of Fig. 17.

Fig. 17 shows the layout and photograph of this filter. This
four-pole filter occupies an area as small as 0.09\y x 0.14 )\,
while having an insertion loss of approximately 2.0 dB cor-
responding to the @@ of 180. The @ of a straight half-wave
microstrip resonator is approximately 170, but becomes much
smaller when coiled. The simulated and measured responses
are illustrated in Fig. 18, where very good agreement between
the measurement and full-wave simulation is observed.

The locations of transmission zeros in the measurement, how-
ever, are not as predicted using the lumped-element prototype
of Fig. 12. The asymmetry observed in the location of the trans-
mission zeros can be attributed to the frequency dependence of
the coupling coefficients [12]. The impedance inverter models,
used in the low-pass prototype, assume a frequency-indepen-
dent coupling, whereas the electric and magnetic couplings are
frequency dependent in nature. In quasi-elliptic filters where
both types of electric and magnetic couplings with opposite fre-
quency dependence are present, the location of transmission
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Fig. 19. Lumped-element prototype of a normalized quasi-elliptic bandpass
filter in which the cross-coupling term k1 4 is realized by a mixed coupling where
the difference between the two electric and magnetic coupling components is
constant.
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Fig. 20. Variation of the location of transmission zeroes of a normalized
quasi-elliptic filter of Fig. 17 for different values of the ratio of the magnetic
component to the electric component of the cross-coupling term 77 = k,,, /k.
given that k14 = k. — k.

zeroes can be shifted considerably. More importantly, in the
proposed miniaturized design, the cross-coupling term, which
controls the transmission zeros, is realized by subtracting two
out-of-phase components of magnetic and electric couplings
having different frequency dependence, resulting in an overall
cross-coupling with a strong frequency dependence.

Fig. 19 shows the equivalent circuit of the normalized filter
shown in Fig. 17, where the cross-coupling is realized by a
dominantly electric mixed coupling. To ensure the proper value
for the cross-coupling according to (7), the difference between
the electric and magnetic has to be equal to k14, i.e., k14 = ke —
km = 1/Crawg — L1gwy. Let n = ky, /ke < 1 be the ratio of
the magnetic component of the cross-coupling term to its elec-
tric component. Based on this definition, the value of the cross-
coupling elements can be defined as C14 = (1 — n)/k14 and
L1y = nk14/(1 — 7). Fig. 20 plots Sa; of the equivalent circuit
shown in Fig. 19 for different values of 7, while keeping the
net magnitude of the cross-coupling constant, namely, k14 =
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0.0085. As seen in Fig. 20, the location of the transmission
zero shifts when 7 is increased. The increase in 7, while the
overall cross-coupling term is fixed, indicates that a larger por-
tion of the electric component of the cross-coupling is cancelled
by an out-of-phase magnetic component. Obviously, the proper
cancellation only takes place at the center frequency, but since
the cross-coupling is frequency dependent, the coupling is more
than required at frequencies above the passband and less below
the passband. In order to alleviate the observed asymmetry in
the location of transmission zeros and rejection band ripples,
one might try to reduce n, which implies a smaller cancella-
tion of the out-of-phase electric and magnetic couplings while
maintaining the same value of k14. As mentioned earlier, the
required cross-coupling term needs to be rather small and can
be realized by introducing a mixed electric-magnetic coupling
in which the electric and magnetic couplings cancel each other
out. To reduce the cancellation, and at the same time have the
cross-coupling term remain intact, the absolute value of the
electric coupling should be reduced using via-holes in the slot
incision and/or increasing the vertical offset between the first
and last resonators.

V. CONCLUSIONS

A new class of slot-line resonators for applications in minia-
turized filter design have been demonstrated. The slot-line
resonator offers flexibility of different coupling mechanisms,
which facilitate various compact filter designs. It is shown that
the resonators may be further miniaturized by increasing the
value of inductive loading through increasing the number of
turns in the coiled terminations with a moderate decrease in
the resonator () factor. The unloaded () is higher than that of
miniaturized microstrip filters of similar volume.

Both electric and magnetic couplings were demonstrated
simply by positioning two such miniaturized resonators in
different arrangements with respect to each other. A straight-
forward method was given to determine whether the coupling
mechanism is magnetic or electric. A full-wave analysis was
used to extract the coupling coefficients used in filter design.

To demonstrate the validity of the approach, three examples
were studied including two four-pole Chebyshev filters, one of
which used a mixed-coupling structure, and a four-pole quasi-
elliptic filter. The agreement between the simulated and mea-
sured responses of these filters was shown to be excellent.

The prototype Chebysheyv filters at 400 MHz with fractional
bandwidths of 5% and 3% show insertion loss values of approxi-
mately 1.7 and 3.7 dB, while occupying a very small rectangular
area 0.22\g x 0.06\¢ and 0.15\g x 0.06)\g, respectively. The
unloaded @ of these filters is approximately three times greater
than those of their microstrip counterparts.

A four-pole quasi-elliptic filter with W = 5% at 2.4 GHz was
also fabricated, and its measured response was compared with
numerical simulation. This filter with an improved out-of-band
rejection gives 2-dB insertion loss while occupying a very small
area of approximately 0.09A¢ x 0.14 ). The effect of the fre-
quency-dependent cross-coupling on the quasi-elliptic filter was
also investigated.
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